Abstract-The design of an ultra-low-voltage multistage (two-stage algorithmic) analog-to-digital converter (ADC) employing the opamp-reset switching technique is described. A highly linear input sampling circuit accommodates truly low-voltage sampling from external input signal source. A radix-based digital calibration technique is used to compensate for component mismatches and reduced opamp gain under low supply voltage. The radix-based scheme is based on a half-reference multiplying digital-to-analog converter structure, where the error sources seen by both the reference and input signal paths are made identical for a given stage. The prototype ADC was fabricated in a 0.18-m CMOS process. The prototype integrated circuit dissipates 9 mW at 0.9-V supply with an input signal range of 0.9 V differential. The calibration of the ADC improves the signal-to-noise-plus-distortion ratio from 40 to 55 dB and the spurious-free dynamic range from 47 to 75 dB.
I. INTRODUCTION

C
MOS technology has received much attention in the integrated circuits (ICs) arena due to a number of advantages for digital circuit implementation. These obvious advantages for digital circuit design naturally extends to all mixed-signal systems where both analog and digital circuits are compelled to co-exist on the same silicon die. Perhaps the most notable advantage of the CMOS process is its scalability. As the device feature size dramatically shrinks into deep submicrometer, the increasing integration density also leads to operating frequency improvement that results from transconductance enhancement and decreased stray capacitance. However, the shrinking device dimensions also implies proportional scaling of maximum supply voltage. Today's state-of-the-art CMOS process is already about to make transition below 1-V supply. This decreasing voltage headroom poses a significant challenge in the analog circuit design. Since analog circuits are routinely integrated with digital, most commonly as the interface between the real world, which is inherently analog, and the digital signal processor, it is highly desirable that all analog circuits adapt to the scaled lower supply voltages and operate reliably. One class of circuits critically affected by this trend is the switched-capacitor (SC) circuits. SC circuits are used in many analog signal-processing building blocks for its naturally superior S/H function and good linearity. However, floating switches face a fundamental limitation in turning switches on/off under low supply condition. When is much larger than the sum of NMOS and PMOS absolute threshold voltages (in the complementary floating switch), it is easy to achieve large on-conductance for rail-to-rail signal swing. As starts to shrink, switch resistance and signal-dependent nonlinearity increase dramatically. In the case where finally gets smaller than the sum of the threshold voltages, there will be a signal range where the switch will no longer conduct.
There are several well-known methods to overcome this problem. The approaches include: 1) clock voltage boosting (e.g., clock) [1] , [2] , which cannot be used in submicrometer low-voltage CMOS processes as the gate oxide can only tolerate the technology's maximum voltage ; 2) using multithreshold MOSFETs [3] , which are not always scalable to very low voltage supplies, as it could suffer from an unacceptable amount of leakage current (i.e., the switch may not fully turn off); 3) bootstrapped clocking [4] - [6] , which has added loading and possible reliability issues; and 4) switched-opamp (SO) technique [7] - [10] , which is fully compatible with low-voltage submicrometer CMOS processes, but the operating speed is limited due to slow transients from the opamp being switched off and on. 1 The opamp-reset switching technique (ORST) has been proposed and applied to analog-to-digital converter (ADC) designs [12] - [14] providing reliable and fast low-voltage operation. The concept of the ORST is depicted in Fig. 1 . After the previousstage output is sampled onto the sampling capacitor, the sourcing opamp is placed into the unity-gain feedback configuration to provide a reset level. Since the opamp does not have to be switched off at any phase, a high-speed operation can be achieved.
In the ADC design, the overall linearity is often limited by the nonideal characteristics of analog building blocks. Under reduced/low supply voltage with limited signal headroom, the nonlinear effects are especially severe, resulting in degraded system performance. The digital calibration techniques have been recognized as one of the effective means to correct for these unavoidable limitations. In this paper, a radix-based digital calibration technique effective for multistage ADC is proposed. This technique is based on a multiplying digital-to-analog converter (MDAC) structure that uses a half-reference injection [15] . By merging the signal paths of both input and reference in a given MDAC, all nonideal factors within the MDAC stage are merged into a single equivalent error term that represents the radix number of the given stage. The ADC output is then digitally calibrated by applying the modified radix. It will be shown that the equivalent radix value/number can be extracted by forcing two different MSBs at the front-end stage while keeping the analog input fixed. The extracted radix numbers are further refined via a mathematical iteration/update algorithm. The proposed calibration technique is able to compensate for capacitor mismatches and finite opamp gain error. One of the key advantage of this technique is that the calibration accuracy is not bounded by the accuracy limitation of the converter itself.
In the following, we describe the design details of a two-stage algorithmic ADC. A two-stage algorithmic ADC is chosen because it represents a general form of multistage/pipelined ADCs, and the hardware is minimal compared to a nonrecycling pipelined ADC. A two-stage algorithmic ADC has two distinct nonlinear error values (one for each stage), and it cannot be reduced down to a single radix system, as in single-stage (effectively) algorithmic ADC [22] . The low-voltage design technique (incorporating enhanced ORST), as well as the radix-based digital calibration technique are applied to the prototype ADC. This prototype IC design also employs a highly linear input sampling circuit at the front-end. The prototype IC verification from this two-stage algorithmic ADC makes the proposed study generally applicable to all multistage pipelined ADCs. In Section II, the design limitations of a single-bit-per-stage ADC architecture are reviewed. Section III summarizes the radix calibration technique based on a half-reference MDAC. Section IV covers low-voltage circuit implementation details of key ADC building blocks. The prototype IC measurement results are summarized in Section V, followed by concluding remarks in Section VI.
II. SINGLE-BIT-PER-STAGE ADC ARCHITECTURE Fig. 2 illustrates the conceptual block diagram of a single-bitper-stage ADC architecture in its simplest form. The block diagram is based on an SC MDAC where the "capacitor-flip-over" structure is commonly used. After the analog input is sampled onto the bottom plates of both sampling capacitors, one of the capacitors flips over to the output, while the other one is connected to either or depending on the 1-bit digital output of the comparator (single-bit flash ADC). This results in the following input-to-output relationship:
(1) where for and for . As briefly discussed in Section I, the circuit would face a serious floating switch problem under low-voltage conditions if the MDAC in Fig. 2 is implemented as is. The ORST provides an elegant solution on this problem. In a previous low-voltage MDAC design, the ORST was employed by using a separate reference sampling capacitors instead of reusing one of the two sampling capacitors for reference sampling [12] . Since all switches are to be connected to either very high or very low GND voltage potential to avoid the floating switch problem, the appropriate reference level could only be provided by controlling the capacitor ratio between the sampling capacitor and the dedicated reference capacitor. This implies a wide spread of capacitance values, which hampers matching accuracy in the MDAC. This paper presents a "half-reference" MDAC incorporating ORST, as shown in Fig. 3 . During the sampling phase , both (depending on sub-ADC decision level) and the analog input are sampled onto the top and bottom plates of the sampling capacitor, respectively. During the amplification phase , the top plate of the capacitor is connected to the virtual ground of the opamp, while the bottom plate is reset (ORST operation) by the sourcing amplifier of the previous stage. Assuming ideal conditions, the residue voltage of (1) is obtained. In reality, there exists important static error terms in the MDAC. They are capacitor mismatch (denoted by ) and finite opamp dc gain error (denoted by ), which directly contribute to critical ADC linearity error. The details of the correction/calibration of these error terms are discussed in Section III. The offset (denoted by ) can also degrade the dynamic range or lead to ADC linearity error if it is not fully absorbed by the digital redundancy/correction. When these error terms are included, the residue voltage expression changes to (2) The finite dc gain error term resulting from the combination of capacitor mismatch and opamp dc again is
Constant offset term in (2) does not affect the overall linearity of the ADC unless the offset is big enough to push the transfer curve in Fig. 2 out of the reference range (bounded by the dotted line) where the analog information would be lost. The lost information, namely, missing decision levels, is not reconstructible. To ensure no missing decision levels occur, the interstage gain is to be made less than two. This is commonly referred to as the sub-radix conversion system. In this way, a limited amount of shift in the transfer function could be allowed while all information is preserved, transferred, and reconstructed by the remaining stages. In other words, the sub-radix conversion system is just one form of realization for digital redundancy/correction, implementations of which have many variations.
Another important point to be considered in this MDAC structure is the operation timing. In a conventional pipelined ADC, the sub-ADC's bit decision is made after (at the end) the input signal sampling phase. This implies that the input and cannot be sampled during the same clock phase. Therefore, the low-voltage structure of Fig. 3 requires a bit-lookahead configuration to move the comparator decisions a half clock cycle (one phase) ahead. This is shown in Fig. 4 . Instead of comparators deciding polarity of the present stage input, the ADC looks ahead to the next stage signal polarity by shifting the reference points of the comparator by and [16] . This will result in two digital outputs in each stage. The valid data between the two is selected by the previous stage's digital output. In order to allow for this reference shifting, the ADC requires another sample-and-hold (S/H) function to follow the front-end input sampling. To align the operation, the additional S/H generates a half clock cycle delay in the sampled after the signal polarity has been decided.
III. RADIX-BASED DIGITAL CALIBRATION TECHNIQUE FOR MULTISTAGE ADC
A. Radix-Based Calibration
The block diagram of the half-reference MDAC (from Fig. 3 ) is shown in Fig. 5 . Assuming all capacitors are matched perfectly and all opamps have infinite open-loop gain, the recon- structed digital output (quantized analog output) can be calculated as follows: (4) However, in the presence of the two error terms ( and ), (4) no longer provides a linear relationship.
One of the effective ways to improve linearity of the ADC is to apply self-calibration in the digital domain. The key concept of most digital calibration techniques usually relies on measuring error terms by the converter itself. The measured values are either directly subtracted from the digital output and curve fitted to the ideal transfer curve [17] - [20] or the ADC is self-linearized using the extracted errors [21] , [22] . A technique similar to our radix-based calibration reported in [22] is applicable to single-stage ADCs only. The calibration technique based on the half-reference MDAC described below can be generalized to any number of stages in a multistage/pipelined ADC design.
One of the most important characteristics in the half-reference structure is that the is directly subtracted from the input on the same capacitor before it is amplified. The net result is that both input and reference see the same multiplying factor (which has error). In this way, the two different nonideal factors are merged into an interstage gain mismatch term, which represents the equivalent radix of the stage. As a result, the digital output can now be calibrated with a simple modified radix calculation [15] . The reconstructed/calibrated digital output can be calculated as follows: (5) where . One of the key advantages of this technique is that it accounts for nonlinear factors of all conversion stages such that the calibrated output will not be affected by component inaccuracies.
B. Calibration of a Two-Stage Algorithmic ADC
In the prototype IC realization of this study, a two-stage algorithmic ADC is chosen, representing the simplest form of a multistage ADC, to illustrate the ADC calibration. A simplified schematic/block diagram is shown in Fig. 6 . It consists of a front-end input sampling circuit, which tracks and transfers the external signal to the ADC, and the two conversion stages STG-1 and STG-2. During the first conversion cycle, the tracking signal from the input sampling circuit is transferred to STG-1 by S/H operation of STG-2 (during ). This generates a half clock period delay for the bit-lookahead operation, which, for simplicity, is omitted in Fig. 6 . In addition, the held signal provides fully settled signal from the tracking signal to STG-1. Each conversion stage includes a half-reference MDAC using ORST for low-voltage operation and a comparator providing a single-bit digital output. The 12-bit word output is generated after seven clock cycles (14 phases) operation. Thus, the sampling rate is seven times slower than the clock frequency. The ADC's 12-bit output word is then reconstructed by (6) where and are equivalent radices for STG-1 and STG-2, respectively. To allow for enough digital redundancy, the interstage gain is set to 1.82 in this ultra-low-voltage implementation.
C. Radix Measurement and Calibration
In this calibration, all error terms should first be measured accurately. The accuracy of the measurement determines the overall ADC resolution. The primary difficulty is that the exact radix for each stage cannot be known in advance. With the calibration sequence described below, initial estimated values iterate to the final correct values mathematically using an incremental calculation loop.
The biggest discontinuities of the ADC transfer curve occur at the points where the MSB changes from zero to one. In a radix-2 system (standard binary system), this discontinuity can be extracted by injecting "1" and "0" digital bits to the MSB stage with zero analog input. For example, in the ideal situation, if "1" is forced with zero analog input then the residue results in and the resulting ADC output would be (MSB "1" is the forced bit). When "0" is forced under the same condition, the residue would be , which leads to the ADC output of (MSB "0" is the forced bit). Although the ADC is converting the same mid-level analog input of 0 V, the difference in quantized value between the two output results in 1-LSB. Since there is no digital redundancy between stages, no output bit (digital) correction takes place. Given the residue voltage of full (due to "bit forcing"), when the error terms resulting from the nonidealities are considered in ADC design, digital redundancy should be employed to prevent missing decision levels, as discussed above. In this case, forcing the MSB of "1" and "0" will only change the residue signal path. Since the digital outputs are inherently corrected by the digital redundancy, the nominal/statistical difference between the two quantized values will be 0-LSB. With this known/desired value of 0-LSB, the estimated radix numbers can now be corrected by an incremental update algorithm (7) where is the difference between the two quantized output after the MSBs are forced, is the iteration index, and is update step size. Each word is calibrated using the current estimate of and . The two radices are updated alternately until the mathematical iteration comes to an end. The measurement/calibration details are described below.
The first step is to measure . MSB of "1" is forced to STG-1 and the analog input is set to zero. The resulting residue is (8) The ADC itself then digitizes during the remaining conversion cycles to produce a 12-bit digital word . 2 This digital word includes "1" forced MSB. Next, MSB of "0" is forced to STG-1 to obtain the residue (9) which is also digitized to a 12-bit digital word (forced MSB "0" included). Note that and define the upper and lower reference level of STG-2. The can now be calculated as follows: (10) where is calculated (reconstructed) using (6). The measurement for is done in a similar manner by effectively exchanging the roles of STG-1 and STG-2. The two resulting residues from STG-2 during the bit-forcing sequence also redefine the full-scale input range of STG-1. Once the measurements are completed for (for ) and (for ), (7) is used to mathematically update the radix values and . Since the overall ADC range is composed of the combination of the two radices, they are updated alternately based on one another's latest values until the overall transfer function is fully linear (i.e., approaches zero). The update/iteration loop is purely mathematical once the four digital words are taken/measured from the ADC/hardware.
IV. CIRCUIT DESIGN
A. Low-Voltage Input Sampling Circuit
One of the most challenging tasks in the low-voltage ADC design is to sample/transfer the front-end input signal fast and accurately from sources external to the IC. One such circuit exists in the context of the SO technique [23] . A modified structure incorporating our ORST operation is shown in Fig. 7 . To emphasize the voltage potential, the reference voltages are expressed as and GND. During the reset phase is pulled up to , while is precharged to and discharged. During the amplification phase becomes (i.e., a fixed/battery reference ) due to charge sharing between and . acts as an intermediate virtual ground. Assuming that the input common-mode voltage is , the output common-mode voltage also becomes . During (ignoring the body effect for simplicity), the resistance of the PMOS switch MPP is It can be observed that the output harmonic-distortion results from the signal-dependent distortion at caused by nonlinearity.
Three design techniques are proposed to minimize this nonlinearity problem. They are depicted in the shaded areas of Fig. 8 . As required for the ultra-low-voltage operation of ORST, the design incorporates the pseudodifferential architecture. During , the capacitor , which was precharged to during the previous clock phase, is connected between the PMOS gate and so that the gate voltage of the MPP would track the variation of . This makes constant (15) Note that is slightly lower than during , and may go below GND, which can cause a latch-up condition. Careful design requires proper sizing of with respect to and . We have used pF and pF in this design. To cancel the remaining distortion at the output, and are sampled to and , respectively, instead of sampling and GND. In doing so, the nonlinear fluctuation at is further cancelled during the tracking phase (16) The output voltage is no longer a function of or , but a linear function of only (17) Since the devices/elements will never match perfectly in circuit implementation, incorporating both techniques will minimize distortion. Another straightforward way to improve the linearity of is to increase the device size so that the fluctuation at can be as small as possible. However, this proportionally increases the device area. As in a previous design, we have incorporated a differential resetting switch MPC [12] . The differential resetting switch can be made half the size of MPP and MPN, and will achieve the same result as doubling the sizes of MPP and MPN. More importantly, using MPC also helps to suppress even harmonics that are due to device mismatches in the two pseudodifferential signal paths. This is because MPC provides a differentially stable reference level to both and during the reset phase. Simulation results of the conventional (Fig. 7) and proposed ( Fig. 8 ) circuits in SPECTRE indicate that the THD levels in the range of a 40-dB level (conventional) improves to a 100-dB level performance in the proposed design. The measurement results of the prototype ADC presented in Section V confirm the effectiveness of this input sampling circuit.
B. MDAC
The schematic of the low-voltage half-reference MDAC is depicted in Fig. 9 . It employs the ORST in a pseudodifferential configuration. If the pseudodifferential architecture is applied without an effective common-mode feedback (CMFB) circuit, any common-mode voltage errors entering the cascaded stages would accumulate with multiplication of the MDAC gain. This is because the pseudodifferential configuration inherently performs a single-ended operation, resulting in the common-mode gain that is the same as the differential gain. Building a traditional CMFB circuit under such low voltage while using no floating switches is a challenging task. In this study, we get around the problem of adding a traditional CMFB circuit by incorporating a mild positive feedback with [12] . This configuration provides the differential gain of (18) while the common-mode gain is kept to (19) Thus, once the common-mode voltage at the front-end is set to , it is retained throughout the conversion cycles without the addition of a complex CMFB circuitry.
For an ADC reference range of 0.9-V peak-to-peak differential under the supply voltage of 0.9 V, reference implies 0.1125-V single-ended swing from the mid-level ( V). This makes reference sampling impossible due to the switch overdrive problem. In this design, the center voltage of the reference swing is shifted down to 0.1125 V. Therefore, can be realized by differential sampling of 0.225 V and GND. With the virtual ground of the opamp also set to 0.1125 V, there is no net shift in the reference common-mode level.
There are two factors that cause missing decision levels. They are: 1) opamp offset voltage in the MDAC and 2) the comparator offset in the sub-ADC. The interstage gain made less than two (sub-radix system) is expected to provide enough digital redundancy between stages. To avoid extreme reduction of the interstage gain, the opamp offset is suppressed sufficiently at the circuit level. This is shown in Fig. 10 . The offset level is sampled onto the storing capacitor during the sampling phase. During the amplification phase, actual offset voltage and the precharged value are cancelled out by setting the node to ground potential. Although only differential offset matters in the MDAC, this technique suppresses absolute offsets for both positive and negative signal paths at the same time. To reject the offset efficiently, should be made much larger than the parasitic capacitance at the virtual ground node. On the other hand, the offset should fully charged during a half clock cycle. In this MDAC, this tradeoff led to a value of 10 pF. This technique is made possible because one node of the virtual ground pair is always available in the pseudodifferential configuration. Section IV-C will describe the details of comparator offset compensation.
Finally, we also propose a solution to a small drawback in the MDAC incorporating ORST. In the ORST operation, the opamp loop dynamics experience a feedback factor difference between the sampling/reset and amplification modes. This is because the opamp has to be placed in the unity-gain feedback configuration during the sampling/reset phase. If the difference is drastic, the opamp would have to be overcompensated to cover a wide range of loop bandwidths. This would end up being an unnecessary burden on the circuit design. As shown in Fig. 11 , an additional switch is used where it provides a controlled resistance between the opamp virtual ground and the signal ground during the sampling phase. It can be made twice the size of the feedback/reset switch so that the reset mode feedback factor is the same or similar to that of the amplification mode (feedback factor of 1/3). 3 This assures good and consistent phase margin and settling dynamics during all phases. In addition, the signal ground is set to the same potential as the virtual ground such that there would be a negligible 0 amount of dc current flowing through the switches. One small drawback here is that any offset voltage appearing at the virtual ground node will be amplified and transferred to the next stage during the reset phase. However, the pseudodifferential offset cancellation (Fig. 10) suppresses the offset voltage, and any remaining amount of offset amplified are small/negligible and signal independent.
C. Comparator
The comparator in the sub-ADC is composed of a preamplifier followed by a latch, as shown in Fig. 12 , with all floating switches having been eliminated. The analog input signal is compared to . One of the most critical aspects of comparator design is the minimization of the input-referred offset. Among numerous offset cancellation methods, the two most common approaches are based on the input offset storage (IOS) and the output offset storage (OOS) [24] . The IOS is also referred to as the auto-zeroing technique. The main idea involves the comparator storing the offset voltage at the input sampling capacitor by placing the preamplifier in the unity-gain feedback configuration and cancelling it out during the comparison/amplification phase. However, the ISO would not be a good choice in the ultra-low-voltage design because of the need for the feedback switches, which need to transfer differential offset centered at . In this design, the OOS is employed to bypass this floating switch problem.
The detailed operation is shown in Fig. 13 . During the sampling phase , the offset of the sourcing amplifier from the previous stage MDAC , which is the excess error term after the pseudodifferential offset cancellation, is removed initially by cross-coupled sampling. Therefore, effectively zero voltage is charged to . At the same time, the offset of the preamplifier is amplified by the preamplifier gain of and sampled onto . To produce proper input common-mode 
where . When is amplified and sampled onto , (21) In the end, is a function of and only. One important thing should be considered in deciding the preamplifier gain . If is too big, will go out of the preamplifier output swing range and offset information will be lost. If is too small, then a large amount of offset voltage from the latch will be referred to the preamplifier input. Considering this tradeoff, the gain is set to eight in this design. and are sized 200 fF.
V. MEASUREMENT RESULTS
The die photograph of the prototype IC is shown in Fig. 14 . The active die area is 1.2 mm 1.2 mm. The input sampling circuit is at the lower left-hand-side corner followed by the two converting stages located side by side to minimize signal crossing. The chip is implemented in a 0.18-m CMOS process with a threshold voltage of 0.45 V for both NMOS and PMOS. The prototype ADC is characterized for signal-to-noise-plus-distortion ratio (SNDR) and spurious-free dynamic-range (SFDR) based on a fast Fourier transform (FFT) of measured data. The differential nonlinearity (DNL) and the integral nonlinearity (INL) errors are measured based on code-density test. ICs are characterized at the power supply voltage of 0.9 V and the input range of 0.9 V differential. When different supply voltages are used, the reference range is also adjusted to have the same peak-to-peak differential input range as the supply. Due to reduced radix and digital truncation error, the prototype is rescaled to 10-bit (binary/radix-2) level, although the ADC output is a 12-bit sub-radix 1.82 word (effectively 10.4-bit binary). 4 The digital calibration/recalculation is done externally (software).
Before any static and dynamic measurements of the ADC are made, the precise radix of each stage was first measured and calculated. After the digital words were extracted/measured for calibration (as described in Section III), mathematical iteration steps refined the radix number from the initial value of 1.82, as shown in Fig. 15 . The update step size of 2 was used for the iteration. The final values/radices change under different supply, conversion speed, and bias condition due to varying settling behavior and dc gain variation of the opamp. All measured results in the following were obtained after the radix measurements/iterations based on each test condition.
The code density measurements are done at the 10-bit level. A total of 2 samples was collected with a sampling rate of 1 MSPS and an input signal of 15 Hz at 0.9-V supply. Typical DNL and INL plots are shown in Figs. 16 and 17 for before and after calibration, respectively. The results before cali- Fig. 18 shows the output spectrum at 0.9-V supply. A fullscale input sine wave of 50 kHz with sampling rate of 1 MSPS were used. Before calibration, SFDR of 47 dB and SNDR of 40 dB were obtained. After calibration, all tones are reduced below a 75-dB level (SFDR) and SNDR improved to 55 dB. It can be concluded that SNDR is dominated by noise level rather than harmonic distortion after calibration. Fig. 19 shows the dynamic measurement results under different supply voltages, but with the same bias condition. This demonstrates that the SFDR is better than 80 dB at 1.2-V supply. This implies that more headroom in signal swing results in improved signal distortion. In this measurement setup, the peak-to-peak differential input range was set equal to the supply voltage. Fig. 20 shows that the ADC performs consistently up to the Nyquist rate. These measurement results also imply that the input sampling circuit is sufficiently linear (i.e., performs at least better than 80-dB linearity level at 1.2 V independent of input signal frequency). Dynamic performance versus clock rate is also summarized in Fig. 21 . The ADC performs up to 1.5 MSPS with consistent performance. The total power dissipation of the ADC is 9 mW at 0.9-V supply. The overall performance of the ADC is summarized in Table I .
VI. CONCLUSION
The design of an ultra-low-voltage (0.9 V) two-stage algorithmic ADC has been presented. For effective low-voltage operation, the ORST has been used. In addition to very low-voltage operation, the prototype IC realization requirements have been fulfilled by a number effective design techniques. These include: 1) a highly linear input sampling circuit; 2) a radix-based MDAC structure incorporating bit-lookahead scheme; 3) an iterative scheme for refining of measured radix error; 4) pseudodifferential offset cancellation schemes for MDAC and a comparator; and 5) robust feedback control for improved stability. Fabricated in a 0.18-m CMOS process, the prototype IC dissipates 9 mW at 0.9-V supply, demonstrating 10-bit 1-MSPS performance. It has a differential peak-to-peak input range of 0.9 V and occupies a 1.2 mm 1.2 mm die area. While the challenges of true low-voltage analog design in future submicrometer CMOS continue to be difficult obstacles ahead, our design example provides a new milestone for a sub-1-V operation in Nyquist pipelined ADCs.
